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Abstract—Multiphase voltage regulator modules (VRMs) for micro-
processor power delivery with coupled output inductors are discussed.
Strong coupling is shown to be feasible and effective at reducing ripple if
the correct magnetic topology is used. For more than two phases, this can
be a “ladder” core with windings around each rung. Typical ripple re-
duction is better than a factor of six with no effect on response time. One
can also chose to improve response time while still significantly reducing
ripple. A simultaneous numerical optimization of the magnetics and the
circuit is used to minimize loss in a fast-response 100 A design.

I. I NTRODUCTION

High-current low-voltage power converters with fast re-
sponse are needed for powering digital systems such as mi-
croprocessors, which are projected to require 100 A or more at
under 1 V [1]. What makes this application particularly chal-
lenging is that the load current can step from near zero to full
load or vice versa in a matter of nanoseconds, and the voltage
must be held stable throughout the step, with a projected toler-
ance of less than 50 mV [1]. The combination of high current
and fast response requires a voltage regulator module (VRM)
located immediately adjacent to the load. The VRM must be
small in size as well as have high efficiency and extremely fast
response.

Presently, the standard design used for high-performance
VRMs is a buck converter with multiple parallel sections, stag-
gered in phase [2], [3], [4], [5], [6], [7]. In a buck converter
with a load-current step, the output capacitor supplies (or
sinks) the immediate difference in current while the inductor
current is ramped up or down to match the new load current.
A small inductor allows ramping the current quickly to mini-
mize the output capacitor requirement. However, small induc-
tor values also lead to large ripple current. In a single-phase
converter, large ripple current in the inductor increases the out-
put capacitor requirement when the inductor is very small [6],
[7]. The standard multiphase interleaved design avoids this
problem because it achieves substantial ripple current cancel-
lation in the output capacitor. This allows smaller inductance
without requiring a large output capacitor. However, the full
ripple current flows through the MOSFET switches (includ-
ing synchronous rectifiers) and through the inductor itself, re-
sulting in higher losses and higher peak current requirements.
One strategy to reduce the ripple current throughout is to op-
erate at very high switching frequencies (e.g., see [6]), but this
increases switching and gate-drive losses and imposes diffi-
cult requirements for magnetic materials capable of low loss
at very high frequencies.

In [8], [9], it was shown that coupling the inductors in a

two-phase interleaved converter can effect a reduction in rip-
ple. Unlike the ripple cancellation in an uncoupled multiphase
converter, this ripple reduction extends to the current in the in-
ductor windings and in the switches. In [10], one topology for
coupling larger numbers of inductors in a multiphase VRM is
considered, but is not found to offer major advantages.

In this paper, we show that coupled inductors can be used
to obtain significantly greater performance improvements than
those obtained in [8], [9], [10]. For two-phase converters, we
show that a different gapping configuration leads to higher rip-
ple reduction, and we present a simple explanation of the cir-
cuit behavior in the limit of ideal coupling. For multiphase
(more than two phases) coupling, we introduce a new topol-
ogy that allows practical operation with much stronger cou-
pling than is possible with the topology in [10], and thus al-
lows greatly reducing ripple while simultaneously improving
transient response.

In order to most effectively apply the new multiphase topol-
ogy, we have developed a simultaneous optimization of the cir-
cuit and the coupled inductor structure. The calculation of per-
formance used for the optimization is described in Section IV,
and the results of the optimization are given in Section V.

II. TWO-PHASE COUPLING

For the purpose of economizing on magnetic material and
reducing the loss in the magnetic material, it is possible to
share a core leg between two inductors in a two-phase buck
converter. If a high-permeability ungapped leg is shared, as
shown in Fig. 1a, the coupling between the two windings is
very small, and it is possible to reduce the amount of magnetic
material required without affecting circuit performance. With
the phases oriented as shown in Fig. 1, the ac flux is reduced in
the center leg, and so are the losses, but the dc flux requirement
for that leg is increased [9], [8]. These effects are of minor
importance, because the center leg is a small portion of the
overall core volume.

More interesting is the configuration shown in Fig. 1b with
gaps in all of the legs. The phases then become coupled, re-
sulting in a moderate ripple reduction [9], [8]. However, the
strongly-coupled configuration in Fig. 1c is capable of pro-
ducing greater ripple reduction. With high permeability core
material, at low duty cycles the coupling approximately cuts
ripple current in half for the same transient response. As duty
cycle increases towards 50%, the ripple is reduced further and
approaches zero with 50% duty cycle and very high perme-
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Fig. 1. Alternative gapping configurations for two-phase coupled inductor.
The voltagesvx are the switching node waveforms for each phase, as in
Fig. 2.
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Fig. 2. Model for two-phase coupled buck converter.

ability core material.
An electrical circuit model for this coupled structure can

be easier to understand than a magnetic circuit model. The
circuit shown in Fig. 2, with leakage inductancesLℓ1 andLℓ2,
an ideal transformer, and a single magnetizing inductanceLM ,
can be used to model any linear magnetic structure with two
windings. With equal numbers of turns on the two windings,
as with all the structures in Fig. 1, the ideal transformer has
a 1:1 turns ratio. The gapping configurations and gap lengths
affect the values ofLℓ1 andLℓ2 (which are equal by symme-
try) and LM ; this circuit model can be used to analyze the
behavior for any set of these values. However, the circuit in
Fig. 2 is easiest to understand when we consider Fig. 1c. In
this configuration, the magnetizing inductance is proportional
to the permeability of the core. For the purpose of a qualita-
tive understanding of the circuit, we can consider the case in
which the permeability approaches infinity such that the mag-
netizing inductance is approximately an open circuit for any
ac currents or voltages.

To make a fair comparison with the uncoupled case, we
consider equal energy storage in nominal dc conditions. Be-
cause the magnetizing inductance’s energy storage is negli-
gible when the magnetizing path is ungapped, equal energy
storage implies that the values of the leakage inductancesLℓ1

andLℓ2 are equal to the values of the uncoupled inductors.
With no magnetizing inductor, the ideal transformer (with

the polarity as shown) forces the ac currents in the two phases
to be equal. Thus the ac currents in the two leakage induc-
tances,Lℓ1 andLℓ2, are also equal, assuming that (by symme-
try) the leakage inductances are equal. With equal ac currents,
the leakage inductances also have identical voltages across
them. Thus, the voltages at the nodes labeledvy1 andvy2 must
match. The transformer equation requiresvx1−vy = vy−vx2,

vx Vin

vx

vy

0 Τ

Vin

 Vin/2

Fig. 3. Waveforms for the circuit in Fig. 2. The twovy nodes have identical
waveforms, shown in the bottom plot.

where we have dropped the index on thevy ’s because they are
equal. Givenvx1 andvx2 from the switching configuration,
we can findvy = (vx1 + vx2)/2: the voltagesvy are equal
to the average of the voltages at thevx nodes. Thus, for ex-
ample, for small duty cycles, eachvx pulses toVin once per
cycle. Because they are equal to the average of thevx’s, the
vy ’s pulse toVin/2 twice per cycle, as shown in Fig. 3.

For the leakage inductances, this is like having a converter
running from a input voltageVin/2, switching at twice the
actual switching frequencyfs. The on-time is unchanged, but
the apparent duty cycle is twice the original duty cycle, so that
the output voltage is the same as without coupling.

To evaluate the ripple with perfect coupling (LM → ∞),
consider that the ripple in a standard buck converter is pro-
portional to(1 − D)/fs. With both the effective duty cycle
and the effective frequency doubled, the ratio of ripple current
with coupling to ripple current without coupling (using induc-
tors equal toLℓ) is

Ipp,coup

Ipp,uncoup

=
(1 − 2D)/(2fs)

(1 − D)/fs

=
(1/2 − D)

(1 − D)
. (1)

This circuit in Fig. 2 can also be used to derive the wave-
forms with finite magnetizing inductance. This analysis is not
shown here because it leads to expressions for ripple in the
case of imperfect coupling that are equivalent to those in [9],
and because it is a special case of the more general analysis
we present in Section IV.

Strong coupling can substantially reduce the ripple in the
steady-state waveforms. Now consider the effect on transient
response. During recovery from a load transient, the controller
should simultaneously activate either both high-side switches
or both low-side switches (synchronous rectifiers). In this
case, the ideal transformer does nothing, as the voltages at the
two vx nodes are equal toeach other and equal to the volt-
ages at the twovy nodes. So the transient response is deter-
mined exclusively by the leakage inductancesLℓ1 and Lℓ2,
and is identical to the transient response with uncoupled in-
ductors sized to match the leakage inductances (the same siz-
ing that gives equal energy storage, as discussed above). Since
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the coupling does not affect the circuit behavior when all the
phases are switched together, the analysis of transient response
is virtually identical to the analysis of transient response in
uncoupled multiphase converters [4], [7], [6], [11], [12], and
does not require further discussion here.

Another way to think about the operation of this magnetic
structure is in terms of common-mode and differential-mode
inductances. We want the differential mode inductance high in
order to reduce ripple associated with the differences between
the ac voltages at eachvx node. At the same time, we want the
common mode inductance to be low for fast response when the
phases all switch together in a transient condition. The con-
figuration in Fig. 1c is similar to the standard common-mode
choke used to reduce conducted EMI, but with the winding
polarities flipped to maximize differential mode inductance in-
stead of common-mode inductance. As in a standard common-
mode choke, the gapped center leg is not necessary; without
that leg present, a small leakage inductance results from the
air paths between the top and bottom core legs and will often
still provide sufficient leakage inductance. In a common-mode
choke, the equal and opposite low-frequency currents allow
the use of high permeability core material without saturation.
In the configuration in Fig. 1c, the opposite winding polarity
allows large dc currents in each phase without saturation as
long as the dc currents are equal.

III. N EW TOPOLOGY FORMULTIPHASE COUPLING

The advantages of the coupled inductor in Fig. 1c may be
extended to inductors with any number of phases. It is not im-
mediately clear how to do this, as it is possible to construct
magnetic circuits with multiple windings (transformers) with
the winding branches in parallel or in series [13], or in other
configurations such as in [10]. The effect that we want from
the transformer aspect of the device (the ideal transformer por-
tion of the model in Fig. 2) is to balance the phase currents.
With the ac current in all the leakage inductances equal, it fol-
lows that the voltagesvy must be equal, and hence equal to
the average of the voltagesvx. The multiwinding transformer
configuration that enforces equal currents is with the wind-
ing branches in parallel. With a high-permeability core, the
parallel branches must all have the same MMF across them,
and so theNi product must be the same foreach. With equal
numbers of turnsN , the current must be equal. This is in
contrast to a conventional multiwinding transformer with the
winding branches in series (or all the windings on the same
leg) which enforces equalv/N on each winding, and requires
thatΣNi = 0 [13].

Thus, we want to configure the winding branches in parallel
in order to force the currents to match as closely as possible.
The core can be a ladder structure, as shown in Fig. 4, which
is drawn without the optional gapped center legs shown in
Fig 1c—the leakage flux paths serve the same purpose. With
the windings placed on the rungs of the ladder (rather than on
the outer legs as in [10]), the advantage of avoiding saturation
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Fig. 4. New topology for multi-phase coupled inductors, shown for four
phases. The placement of windings on the rungs of the ladder core struc-
ture, instead of on the outer legs, allows the use of high-permeability ma-
terial for high coupling, without the dc current (equal in each winding)
producing saturation.
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Fig. 5. Magnetic circuit model for four-phase coupled inductor.R is the
reluctance of a given path:Rℓ is the leakage reluctance,Rtb is the sum of
the reluctances of top and bottom outer legs across any one window, and
Ru is the reluctance of the rung (post around which the wire is wound).
The MMF sourceNi corresponds the the current and number of turns in
the corresponding winding.

with equal dc currents in all the windings is retained. With
equal currents, the MMF produced by each winding is equal,
and the only flux circulation induced is through leakage paths
through the air. Fig. 5 shows a magnetic circuit for this struc-
ture.

IV. CALCULATING PERFORMANCE

A. Model Formulation

Formulating a model in terms of a matrix equation will fa-
cilitate developing an analysis that applies to any number of
phases. Based on Fig. 5 we can write

Φu = AF, (2)

whereΦu is a vector containing the magnetic flux in each rung
of the ladder structure,F is a vector of the MMF values at each
node at the top of Fig. 5, and, for four phases,

A =









1
Rtb

+ 1
Rℓ

− 1
Rtb

0 0

− 1
Rtb

2
Rtb

+ 1
Rℓ

− 1
Rtb

0

0 − 1
Rtb

2
Rtb

+ 1
Rℓ

− 1
Rtb

0 0 − 1
Rtb

1
Rtb

+ 1
Rℓ









,

(3)

The matrixA may be similarly expressed for any number of
phases. Using

Φu =
Ni − F

Ru

, (4)
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we can find an expression for the vector of currents in each
winding as a function of the vector of flux in each rung,

i =
1

N
(Ru + A−1)Φu. (5)

B. Calculation of Steady-State Waveforms

Using the model derived above, we wish to calculate mag-
netic flux waveforms and current waveforms; both have dc
components and ac components which we calculate sepa-
rately.

The dc components are calculated by assuming that the dc
currents in each phase are equal. This is necessary for proper
operation, and may be achieved by the same active or passive
methods that are used for uncoupled multiphase converters.
Thus, if we have total current in the loadItotal and the number
of phases isn, the dc component of current ineach phase is
Iphase,dc = Itotal/n. The dc component of flux in the outside
legs of the ladder core (top and bottom in Fig. 4) is zero and
the flux in each rung is

Φu,dc =
NIphase,dc

Ru + Rℓ

. (6)

With the switches operated with duty cycleD, the voltage
across each winding will switch fromVin to zero. The rela-
tionship between the flux change in the rung and the voltage
is

V = −N
dΦu

dt
(7)

From the duty cycle and the period, we can obtain the ac com-
ponent of flux in the rung. From equation (5), we can calculate
the ac components the winding currents. The ac component of
the MMFF can be found by inverting (2); the MMF can then
be used to calculate flux in the outside legs of the ladder core
(top and bottom in Fig. 4) using

Φtb =
∆F

Rtb

. (8)

Now we have all the components of fluxes and currents.
Example waveforms are shown in Fig. 6, for the parameters
shown in Table I. The strong coupling makes the current wave-
forms in the four phases virtually indistinguishable. The cur-
rent ripple of about 20 A peak-to-peak looks large, making
one wonder how effective the coupling is at reducing ripple,
but this design takes advantage of the coupling effect to oper-
ate at a relatively low frequency (312 kHz), while having the
low leakage (common mode) inductance that would normally
only be feasible with a switching frequency above 1 MHz. If
this design was operated at the same frequency (312 kHz) with
no coupling, the peak-to-peak current ripple would be 123 A
in each phase, over six times higher.

0 0.5 1 1.5 2 2.5 3 3.5
0

5

10

15

V
x(

V
)

phase 1
phase 2
phase 3
phase 4

0 0.5 1 1.5 2 2.5 3 3.5
−0.2

0

0.2

B
tb

(T
)

0 0.5 1 1.5 2 2.5 3 3.5
−0.2

0

0.2

B
u(T

)

0 0.5 1 1.5 2 2.5 3 3.5
0

20

40

t(us)

I ph
as

e(A
)

Fig. 6. Example waveforms calculated as described in the text for the four-
phase coupled-inductor converterwith the parameters specified in Table I.
Shown for each phase are: switching-node voltagesvx, outer core leg
fluxesΦtb, core rung fluxesΦu, and phase currentsi.

TABLE I

DESIGN PARAMETERS FOREXAMPLE WAVEFORMS.

Symbol Value
Vin Input voltage 12 V
Vout Output voltage 1.45 V
Itotal Total output current 100 A
Lℓ,tot Parallel combination of all leakage inductances 8.25 nH
n Number of phases 4
N Number of winding turns 3
fs Switching frequency 312 kHz

Core material Magnetics K

Geometrical parameters, as defined in Fig. 4 (mm)
a 1.34
bw 24.3
c 28.0
d 3.86
e1 1.66
e2 3
g 1.84

C. Calculation of Power Loss

There are three parts of power loss that we consider in our
analysis: winding loss, magnetic core loss, and loss in the re-
mainder of the circuit.

With high-frequency current, winding loss increases be-
cause of eddy-current effects [14]. However, with strong cou-
pling, the ripple current can be small, which means that ne-
glecting this effect will not lead to major errors. Thus, we
calculate winding loss using simply the total rms current and
the dc resistance,Pw = I2

rmsRdc.
For the calculation of the core in ferrites, the Steinmetz

equation is often used:

Pv = kfαB̂β , (9)

wherek, α, β are constants often given by the manufacturer
of the magnetic material,Pv is power loss per unit volume,̂B
is peak flux density, andf is the frequency of sinusoidal exci-
tation. Unfortunately, the Steinmetz equation applies directly
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only for sinusoidal waveforms. While it may be an adequate
approximation for symmetric triangular flux waveforms, it is
not adequate for extreme duty cycles (for example, in a 12 V to
1 V converter) [15], much less for the unusual irregular wave-
forms that appear in some legs of the coupled inductor. Note
that separating the waveform into sinusoidal components via
Fourier analysis and calculating the loss separately for each
component does not work because the loss mechanism isnon-
linear.

To solve this problem, we use the “Generalized Steinmetz
Equation” (GSE) method introduced in [16] for analyzing for
losses with arbitrary nonsinusoidal waveforms. The GSE finds
the time average core loss per unit volumePv as

P v =
1

T

∫ T

0

k1|(dB/dt)|α|B(t)|β−αdt (10)

whereα, β are the same as in (9) and

k1 =
k

(2π)α−1
∫ 2π

0
|cosθ|α|sinθ|β−αdθ

. (11)

The effectiveness of the GSE was experimentally verified in
[16].

Applying the GSE to a general periodic piece-wise-linear
waveform, we obtain

P v = (12)

k1

T (β−α+1)

∑

∣

∣

∣

Bi+1−Bi

ti+1−ti

∣

∣

∣

α−1

|Bβ−α+1
i+1 − Bβ−α+1

i |

whereBi are the flux densities at timesti. For (12),B is as-
sumed to always be greater than or equal to zero. IfB crosses
the line ofB = 0, we convert the negative part to its absolute
value before applying (12).

In addition to the loss in the inductor itself, the calculations
and optimizations take into account circuit losses. Losses in
the output-capacitor ESR are neglected, assuming that rip-
ple cancellation reduces them to near zero, and that ripple
cancellation and fast response allow the use of low-ESR ce-
ramic capacitors. Thus, we consider only losses in the MOS-
FET switches. We assume fixed total switching loss per cy-
cle Eswitch, including gate drive loss, and fixed total paral-
lel resistance of the high side switches (considered in paral-
lel) and of the low side switches. The values of these pa-
rameters used in the example optimization in Section V are
based on datasheet parameters of low-gate-charge commercial
MOSFETs (STB70NF03L), and are listed in Table II. These
numbers are scaled by the number of phases to find parame-
ters for a given phase—resistance for a given phase is scaled
up by the number of phases and switching loss is scaled down.
The idea of this is that the overall numbers represent many
parallel MOSFETs, and that the total number of MOSFETs
stays fixed as we change the number of phases. In practice,
an integer number of MOSFETs must be allocated to each

TABLE II

PARAMETERS FOR OPTIMIZATION

Symbol Value
Vin Input voltage 12 V
Vout Output voltage 1.45 V
Itotal Total output current 100 A
Lℓ,tot Parallel combination of all leakage inductances 8.25 nH
Eswitch Total switching loss per cycle for all phases 5.79µJ
Rn,tot On-resistance of all low-side switches in parallel 0.8 mΩ
Rp,tot On-resistance of high-side switches in parallel 2.16 mΩ
e2 Maximum height allowed 3 mm
A Maximum footprint area 582 mm2

Core material Magnetics K

Parameters for core material: Magnetics K material MKS units
k Core loss constant for (9) 0.759
α Core loss frequency exponent 1.565
β Core loss flux density exponent 2.759
k1 Core loss constant for (10) 0.192
µr Relative permeability of core material 1500

phase, but we allow the switch parameters to vary continu-
ously. We believe this analysis is more useful than constrain-
ing the results to integer numbers of available MOSFETs in
parallel because it allows us to see theunderlying design is-
sues. For practical application, one could then modify the
results to find what works best with presently available de-
vice sizes, or work with a MOSFET manufacturer to produce
the size device needed. The parameters in Table II are based
on using ten of the STB70NF03L is parallel for the low-side
switch, and using a smaller, non-integer number (3.7) in par-
allel for the high-side switch, scaled down for the lower rms
current.

Rather than fixing the total number of parallel MOSFETs,
we could choose to select the number to minimize total loss
including switching and gate-drive loss and conduction loss.
This would give lower-loss designs than the ones we report,
but in practice the number and size of MOSFETs used is lim-
ited by cost.

To calculate conduction losses, an effective on-resistance of

Ron,eff = DRp + (1 − D)Rn (13)

is multiplied by the square of the rms current. The switch-
ing loss energy, scaled by the current, is simply multiplied by
switching frequency to find switching loss power.

V. OPTIMIZATION

Given a complete method for calculation of performance,
as described in Section IV, standard numerical optimization
algorithms can be used to find the optimum values for a set of
free parameters, given fixed values for the other parameters.
We used the Nelder-Mead simplex algorithm as implemented
in the MATLAB functionfminsearch [17].

The parameters for which we have run the optimization are
listed in Table II. Fixed optimization parameters include the
technology and number of parallel MOSFETs as discussed in
Section IV, the size of the magnetic structure, and the elec-
trical parameters of the converter. The footprint area of the
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TABLE III

OPTIMIZATION RESULTS FOR100 A 12 V TO 1.45 V CONVERTER

n Number of coupled phases 1 2 3 4 5 6 7

N Number of turns 2 2 3 3 3 3

a Window 1.35 1.28 1.34 1.29 1.25 1.21 mm

bw Window breadth 32.7 22.1 24.3 19.6 16.7 14.7 mm

c Device breadth 36.0 26.5 28.0 23.8 21.2 19.4 mm

d Rung width 6.72 6.03 3.86 3.60 3.32 3.06 mm

e1 Rung thickness 1.65 1.72 1.66 1.71 1.75 1.79 mm

e2 Height 3 3 3 3 3 3 mm

g Outer leg 1.65 2.24 1.84 2.10 2.26 2.36 mm

fs Switching freq. 872 525 387 312 281 279 295 kHz

Iac,rms Total rms ripple current* 51.1 36.9 28.1 21.2 14.5 8.85 4.50 A

Pw Winding loss 0.69 0.95 1.37 1.65 1.90 2.12 W

Pc Core loss 0.47 0.74 0.92 1.21 1.48 1.73 W

PL Total Inductor Loss 1.16 1.69 2.29 2.86 3.38 3.85 W

Ps Switching loss 5.05 3.04 2.24 1.81 1.63 1.61 1.70 W

Prds MOSFET conduction loss 12.2 11.0 10.4 10.1 9.85 9.72 9.66 W

PM Total MOSFET loss 17.2 14.0 12.6 11.9 11.5 11.3 11.4 W

Pt Total loss 15.2 14.3 14.2 14.3 14.7 15.2 W
*The sum of ac rms currents in each phase.

magnetic structure is fixed at 582 mm2, based on an esti-
mate of the area that would be required for a conventional
discrete-inductor design for 100 A. The inductor performance
is strongly affected by height. This optimization was per-
formed for a maximum height of 3 mm; allowing a thicker
device could rapidly cut inductor loss and/or area, although
inductor loss turns out to be a small fraction of the total loss.
The output voltage of 1.45 V was chosen to be in the range of
interest, and to be a value that doesn’t have any simple integer
relationship with the input voltage of 12 V. The total output
current is fixed at 100 A, and the per-phase current is adjusted
according to the number of phases used. Thus, for example,
for four phases, the per-phase current is 25 A.

The coupled inductor system allows improving response
time for the same level of ripple current, or decreasing ripple
for the same fixed response time. In these optimizations, we
fixed response time, by fixing the total parallel inductance for
the 100 A output to allow a current slew rate in the inductors
faster than any existing VRM we know of, thus minimizing the
output capacitance requirement. We assumed initially that the
appropriate leakage inductance would be achieved through air
paths and widening of the outer core legs. Because the opti-
mization resulted in long, thin rungs, it is likely that additional
core legs will be needed in practice to achieve the necessary
leakage inductance. The most practical way to implement that
is a topic for future study.

With the constraints discussed above set, there remain six
degrees of freedom to be adjusted for minimum loss. These
could be expressed in various linearly-related sets of parame-
ters; we used cross-sectional area of the core in two different
places (the rung and the outer leg), the thickness of the rung
(e1 in Fig. 4), the switching frequency, the number of turns on
each phase, and the number of phases.

We find that changing the relationship between the physi-

cal and electrical ordering of the phases can help reduce cur-
rent ripple. The idea is that a large phase difference between
nearby phases will improve the ripple cancellation effect com-
pared to putting phases in order, which would make adjacent
phases have relatively small phase differences. For small num-
bers of phases, optimal phase orders can easily be found by
inspection. For example, [1 3 2 4] is the optimal ordering for
four phases; [1 3 5 2 4] for five. For large numbers of phases,
we have not yet found a way to determine the optimum phase
order, but we have used our best guesses of good phase or-
dering. In designs with an ungapped, high-permeability core,
the coupling between any two phases is good enough that the
phase order makes very little difference, especially for small
numbers of phases. Given this and given that the optimal
designs we have computed tend to have less than about six
phases, the unsolved problem of optimal phase ordering for
the general case is not important at this point, even though it
would be a very interesting topic to study.

Because the optimization routine we used does not directly
account for the requirement that two of our parameters—
number of phases and number of turns—can only take on in-
teger values, the optimization proceeds in three stages. First,
for any give number of phases, the design is optimized based
on allowing non-integer numbers of turns. Then, from those
results, we select the closest integer number, and repeat the op-
timization with the number of turns fixed at that integer value.
Finally, from a list of the results with different numbers of
phases, we can select the result with the best performance.
Table III summarizes the design details and performance for
different numbers of phases.

The results in Table III show that any of the numbers of
phases considered achieve very good performance when the
inductor design and operating frequency are optimized. The
minimum loss is achieved with four phases, and it has about
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7% lower loss than the two-phase coupled system. Perhaps
more important than this reduction in overall loss is the 15 to
19% reduction in silicon loss that the four- to six-phase de-
signs provide relative to the two-phase configuration. This
could allow using smaller MOSFETs, reducing cost.

An uncoupled multiphase converter with the same response
time, and with the switching frequency optimized for mini-
mum MOSFET losses (considering gate drive and conduction
loss), would have 17.2 W of MOSFET loss, and would operate
at 872 kHz. The total loss would depend on the details of the
inductor design, which would entail significant ac resistance
effects that we did not consider in this coupled inductor de-
sign, so we have not compared the overall loss of the coupled
and uncoupled designs. However, just considering total MOS-
FET loss (which is 84% of the loss in the optimized coupled
four-phase design), the optimized coupled four-phase design
cuts this loss to 11.9 W, a 31% reduction compared to the un-
coupled design. The loss reduction comes from reduced rip-
ple and from reduced switching frequency. We have used the
same low-gate-charge MOSFETs for all the analysis, but the
lower switching frequency of the coupled design relaxes the
requirement for low gate charge and so could make it possi-
ble to use other MOSFETs that may be less expensive or have
lower on-resistance.

One way to evaluate the performance of this coupled in-
ductor design is to compare its performance to a theoretical
limit: the MOSFET loss with the same MOSFETs carrying
only the dc current with zero ripple, switching at such a low
frequency that switching losses are negligible. In this case, the
MOSFETs we have selected would have 9.64 W of loss. The
total MOSFET loss in the uncoupled design is 78% above this
hypothetical theoretical minimum loss, whereas the optimized
four-phase design has only 23% more loss than the theoretical
minimum. This means that the four-phase coupled design has
already achieved most of the loss reduction that is theoretically
possible by any means, using this same fixed FET technology.

It is important to note the improvements come from chang-
ing only the inductor structure. No additional components
or other changes are needed in the rest of the power circuit,
which remains a standard multiphase buck converter, the same
as would be used without coupling.

VI. EXPERIMENTAL VERIFICATION

Basic operation and ripple reduction as predicted have
been verified in open-loop steady-state operation with non-
optimized coupled inductors, both two-phase and four-phase
(the latter in the ladder configuration). In anticipation of fur-
ther experiments with an improved prototype and optimized
designs, detailed waveforms were not recorded in these initial
experiments. Unfortunately, the new prototype was not ready
in time for this paper.

VII. C ONCLUSION

Coupled inductors can be used to obtain dramatic perfor-
mance improvements in multiphase buck converters with re-

quirements for fast response time. A new topology for multi-
phase (more than two phases) coupled inductors allows prac-
tical operation with much stronger coupling than is possible
with previous multiphase coupled inductor topologies. The
circuit topology aside from the inductors is a standard multi-
phase buck topology, identical to that used with uncoupled in-
ductors. Optimization of the complete system including the in-
ductor geometry and switching frequency shows that the best
performance can be obtained with four coupled phases, for
the particular parameters considered in this optimization. This
provides a reduction in MOSFET losses by 31% compared to
an uncoupled design with the same response time.
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